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Abstract — A fast and accurate method for analyzing frequency
domain crosstalk between signal lines in printed circuit boards is
described in this paper. An integrated parasitic extraction and
crosstalk analysis methodology has been employed since the
parasitic elements are essential for the crosstalk noise analysis.
The implementation of the integrated extraction and crosstalk
analysis requires computation time of the order of milliseconds,
which makes the technique suitable for EMC rule checking and
EMC/crosstalk aware board level optimization. Trend analysis
for variation of crosstalk noise with separation between the signal
lines, for both striplines and microstrip lines, has been presented.
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and microstrip lines; parasitic extraction.

1. INTRODUCTION

Crosstalk between signal lines is a major concern in high-
speed PCB designs since it can cause -electromagnetic
compatibility (EMC) issues apart from conventional signal
integrity (SI) problems. Since crosstalk between signal lines
increases with frequency, it becomes increasingly important to
consider the impact of crosstalk on EMC for very high speed
PCBs. As a rule of thumb, when 100UV appears on an
unshielded wire leaving a shielded enclosure, the fields at 10m
will violate the EMC standards for computer hardware. Thus,
for meeting EMC standards and avoiding re-design, it is
imperative to factor in the impact of crosstalk on EMC even at
the early stages of PCB design.

There are two available options for analyzing crosstalk
between signal lines in a PCB environment: (i) using a parasitic
extractor to extract the parasitic elements and obtaining the
crosstalk noise from a circuit simulator such as HSPICE and
(ii) using 3-D full wave circuit-EM simulators based on, for
instance, MoM [1] or PEEC [2] techniques. However, these
tools may require a few minutes to a few hours to compute the
crosstalk depending on the geometry. Considering the fact that
EMC rules need to be satisfied for all nets in a complex PCB
environment, the rule checking algorithms need to be fast for
useful applications in the real world. Moreover, use of the
crosstalk algorithm in the inner loop of an EMC/crosstalk
aware optimization routine demands a fast and accurate
analysis technique. These requirements motivate the
development of a specialized tool that will fully exploit the
structural properties of the models for fast analysis. In this
paper, an integrated parasitic extraction and crosstalk analysis
technique is developed for high speed PCBs, where the
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parasitic elements are estimated internally before the actual
crosstalk noise analysis.

In conventional PCBs, two different configurations of
signal lines are encountered — striplines and microstrip lines.
For analyzing crosstalk between an aggressor line and a victim
line, which can be represented by two coupled transmission
lines in a PCB setup, an AC voltage source with given source
impedance is applied at the input terminal of the aggressor line.
The other terminals are terminated by specified (or matched)
impedances. In this work, an RLGC (resistance-inductance-
conductance-capacitance) coupled multiconductor transmission
line model of the signal lines is used for the crosstalk
estimation. It should be noted that the noise voltage that can
cause EMC rule violation (~100pV) is much lower than that
required for signal integrity failure. Therefore, while one is not
concerned about distant or weakly coupled nets for signal
integrity purposes, those distant nets are taken into
consideration for EMC rule checking. A small absolute error in
the parasitic values of the weakly coupled lines, thus, may lead
to a large error in the crosstalk noise value.

The overall crosstalk analysis methodology consists of two
steps: (1) 2-D parasitic extraction to form the multiconductor
transmission line model and (2) near-end and far-end crosstalk
analysis for multiconductor transmission lines. Once the
transmission line model is obtained for the structure under
consideration, striplines and microstrip lines can be handled
identically. However, as will be discussed later, computation of
the parasitic elements for the microstrip lines needs different
handling because of the inhomogeneous dielectric medium
around the signal lines. By exploiting the structural properties
of the striplines and microstrip lines and utilizing the properties
of coupled transmission lines, an efficient implementation of
the integrated extraction and crosstalk analysis is made. For a
wide range of dimensions typically encountered in PCBs, the
computation is performed in a fraction of a second.
Comparative study of striplines and microstrip lines is made
using this technique.

The rest of the paper is organized as follows. In Section II,
the 2-D parasitic extraction method used in this work is
presented. The crosstalk analysis technique using the extracted
parameter values is described in Section III. Accuracy of the
results is validated in Section I'V. Case studies for the variation
of crosstalk with separation between signal lines and distance
of the signal lines from the reference planes are also presented
in this section. Finally, conclusions are drawn in Section V.
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II.  2-D PARASITIC EXTRACTION

A 2-D extraction method is used for extracting the parasitic
elements of the coupled transmission line model representing
either a stripline or a microstrip line. In case of a stripline
configuration, the signal lines are embedded in a homogeneous
dielectric medium sandwiched between two reference planes.
On the other hand, for the microstrip lines, the medium is not
homogeneous since the signal lines lie over a dielectric slab
separating the lines from a reference plane, and a background
dielectric is present that covers the signal lines and the
dielectric block. In this section, the method for estimating the
inductance and capacitance matrices for the coupled
transmission line model is described.

A. Inductance matrix

The inductance matrix for two coupled lines will consist
of the self inductances of the two lines on the diagonal and the
mutual inductance between them at the off diagonal positions:

= ° " (1)

where subscripts a and v denote the self terms corresponding
to the aggressor and victim, respectively, and m denotes the
mutual element. Extraction of the inductance values in the
presence of the reference plane(s) will generally require
discretizing the conductors and using a standard inductance
extraction technique, which may be computationally
expensive. However, with transmission line assumptions, the
high frequency inductance matrix L is related to the free-space
(i.e., all dielectric media removed) capacitance matrix, Cy by:

LC, = 1¢, (2)
where Cg is defined as:
C _ CaO + Cm0 - Cm0 (3)
0_ .
- Cm0 Cv0 + Cm0

The subscript 0 implies free-space values in the above
equation. The diagonal elements represent the summation of
the self and mutual capacitances and the off diagonal elements
are negative. Equation (2) holds under the generally valid
assumption of non-magnetic PCB materials. Moreover, for
very high speed PCBs, the high frequency inductance matrix
will be appropriate. Therefore, the elements of the L matrix
can be found from the following set of equations:

— HyE(Cyp + Cryo)

(Cap * Crro)(Cyp + Cpp) — Crio
— HyE(Cap F Crig)

(Cao * Cop )(Cvo + Cmo) - Crio )]
— Ho€0Cmo

(Cap  Crno)(Cyp +Cppg) — C:wo

Hence, a fast capacitance matrix estimator has been
implemented that can also be used for finding the inductance
matrix from the free-space capacitance matrix using (4).
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Fig. 1: Discretization scheme used for estimating the capacitance matrix.

B. Capacitance matrix

A numerical method for estimating the capacitances has
been employed since no analytical or curve-fitted expression
can guarantee the desired level of accuracy over the range of
dimensions encountered in PCBs. Moreover, the situation will
be even more complicated for microstrip lines. For both
striplines and microstrip lines, the capacitance matrix C is
given by:

_ Ca +Cm _Cm

C= .
- Cm CV + Cm (5)

For stripline cases, C is given by the free-space capacitance
matrix, Co, multiplied by the dielectric constant of the medium.
However, this is not true for microstrip lines and C needs to be
computed separately. For computing the individual
components of C, first the conducting surfaces of the stripline
or microstrip structure are discretized into smaller panels. The
accuracy of the parasitic estimation largely depends on the
level of discretization. When the panel size is small, the
accuracy of the results increases, however, with an exponential
increase in computation time. Therefore, to balance the runtime
and level of accuracy, an adaptive discretization scheme is used
in this work. It is found that when the separation between the
signal lines is large, which is usually true for EMC issues, the
section of reference plane in between the signal lines needs to
be discretized properly to ensure an accurate value of the
mutual capacitance. Fig. 1 depicts the discretization scheme
where the panel size increases in a geometrical progression as
the distance from the signal lines increases.

For finding the capacitance of a signal line, say the
aggressor line, a voltage of 1V is applied to all panels on the
aggressor line and OV to all other panels. By definition, the
charge that accumulates on the panels of the aggressor is C, +
Cm- The charge that accumulates on the panels of the victim
line is equal to —Cp. For a structure with N panels, the applied
voltages on the panels are related to the charges on the panels
through the coefficient of potential matrix. The coefficient of
potential is defined as the potential produced at the evaluation
point due to unit charge at the source location. Let @ be the
vector of potentials applied to the panels and q the vector of
charge on the panels. If P is the NxN coefficient of potential
matrix, then the following equation holds:

Pq=¢. (6)

The element p;; of matrix P represents the coefficient of
potential between the i-th and j-th panels , defined as

1 P r
P; :EJJG(r,r)ds ds. (7)
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In (7), S; and S; represent the surface areas of panel i and panel
j, respectively. The elements of P can be conveniently
computed using numerical integration routines, such as Gauss
quadrature, for any arbitrarily shaped panels. However, for this
application, all panels are rectangular and any two panels will
be either parallel or perpendicular to each other. For these
cases, analytical formulae exist that greatly reduce the
computational cost [3]. Using these expressions, the free-space
coefficient matrix can be setup in a straightforward manner.

For microstrip lines, the free-space coefficient matrix can
be found the same way it is found for striplines. However,
computation of the capacitances matrix with the dielectric
block is more complicated since the medium does not remain
homogeneous any longer. In the presence of the dielectric
block, the coefficient of potential may change significantly
from the value obtained for the homogeneous medium. To
solve this complex problem, the principle of images along with
the expressions from [3] has been applied.

Fig. 2 depicts a dielectric slab of dielectric constant €, and
thickness h present in a medium of dielectric constant €;. If a
positive charge +q is there in medium 1, then for producing the
same potential at any evaluation point in medium 1, medium 2
can be removed and replaced by an equivalent negative image
charge at a particular distance below the boundary. In [4], this
problem has been addressed where the equivalent charge and
distance are found using boundary conditions at the boundary
of the two dielectric media. Using a similar idea, the
computation of the coefficient of potential between two panels
is simplified by using an “equivalent” image panel. Depending
on the location of the source and evaluation panels in medium
1 or medium 2, there could be four combinations. Using the
results from [4], the equivalent image charge and distance can
be found and the contribution of the image panel will be scaled
accordingly. The coefficients of potential for the four cases
mentioned above are summarized in Table 1:

TABLE L. COEFFICIENT OF POTENTIAL FOR SOURCE AND EVALUATION

PANELS IN DIFFERENT MEDIA
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Medium 1 Medium 2
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The coefficients of potential for the abovementioned cases are
formulated in terms of the free-space coefficients of potential.
In the expressions mentioned above, the subscript ‘se0’ refers
to the free-space coefficient of potential between the source
and evaluation panels, whereas ‘ei0’ refers to the same between
the image of the source panel and the evaluation panel.

Once the matrix P is populated, capacitance can be
calculated by solving (6) for charges on each panel. By
summing up the charges on the panels of the signal lines, the

Fig. 2: Principle of images applied for both source (Src) and evaluation
(Eval) points in medium 1 with a slab of medium 2.

elements of the capacitance matrix can be found. It is to be
noted that for non-symmetric signal lines, where the width of
the aggressor line is not equal to the width of the victim line, it
is required to solve for the charge two times — once with 1V
on the aggressor line, and the second time with 1V on the
victim line. However, this is not as expensive as it sounds,
since the most expensive steps — setting up the coefficient
matrix and factorization of the coefficient matrix — are
performed only once. Only the substitution part of the solution
needs to be repeated for the non-symmetrical structures.

C. Loss elements

The R and G matrices representing the DC resistive and
conductive elements are found using simple methods as found
in standard textbooks [5, 6]. In this work, the skin effect
resistance and conductance coefficient matrices are not
estimated. However, this can be handled by methods described
in [7]. Since the crosstalk analysis algorithm takes general
impedance and admittance matrices as the inputs, the crosstalk
analysis algorithm handles the skin effect matrices without
any modification when they are provided.

III.  CROSSTALK NOISE ANALYSIS

Using the coupled transmission line parameters derived in
Section II, crosstalk between the signal lines will be estimated
in this section. Crosstalk analysis for coupled transmission
lines has been a subject of extensive research in the past and
standard methods exist for both frequency domain and time
domain analysis [5, 8]. In this work, frequency domain analysis
is performed for EMC rule checking. There are two main
approaches for solving the coupled transmission line
differential equations [5]. The first approach is based on state-
space formulation of the coupled multiconductor transmission
line and solving the equations for the voltage and current
values. However, this method needs to calculate
computationally expensive matrix exponentials for the state
matrix. The second approach relies on using a matrix
transformation technique that decouples the coupled lines and
allows for the use the conventional transmission line equations.
Since this approach is easier to implement and does not require
calculation of matrix exponentials, it has been adopted in this
work from [5].

The RLGC matrices derived in Section II are used to
construct the frequency dependent impedance and admittance
matrices, denoted by Z and Y respectively. The voltage vector
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V(z) and current vector 1(z) along the length of the transmission
lines will follow the first order transmission line equations
assuming the length of the traces along the z-axis [5]. These
equations can be manipulated to get the second order
differential equations that express the relationship of the
voltage (current) with its second order derivative and the
impedance and admittance matrices:

szg” = ZYV(2)

dz ®)
41D - vz1(2)

dz

where V and I are the vectors containing the voltages and
currents along the aggressor and victim lines.

_ Va(»)
V(z2)= y
V(2) 9)
|
(2) = |8

If matrix YZ can be diagonalized by some transformation, then
the currents can be decoupled in the second part of (8). Let T
be a transformation that transforms the current vector | to the
uncoupled modal currents Ip:

1 =TI m (10)
This transformation converts the second part of (8) to
2
d 'mz(z) =TYZTI, (11)
dz

If T is such that T*YZT is diagonal, then the modal currents
become uncoupled. One such transformation can be found by
the eigenvalue decomposition of YZ where T will be the
matrix of eigenvectors. This transformation will produce a
diagonal matrix T'YZT with the eigenvalues in the diagonal:
-1 — 2 — y a 0

TYZT =y 0y (12)
Using the decoupled modal currents and the conventional
transmission line equations, the modal currents can be
represented as the difference between the current waves in the
positive and negative z-directions:

I.(z)=e"I~-¢e"l_~ (13)
where iy
ot = e ’e 0
and 0 e
. | * - I~
I, = Ima+ and |, = Ima
mv mv

There are four unknowns (Ina*, Iy, Ima” and 1p,,*) to be solved
for obtaining the voltages and currents along the lines. The
quantities of interest are the near-end and far-end noise voltage,
which are given by V,(0) and V,(Len) where Len is the physical
length of the lines. The four equations for the four unknowns
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Fig. 3: Comparison of mutual inductance and capacitance values obtained
by the proposed method with the values given by a 2-D parasitic extractor.
The plot captures the variation of the parasitic mutual elements with the
separation between two signal lines up to 10cm.

are found by using KCL and KVL with the terminal conditions,
solved, and used for finding the noise voltages.

IV. NUMERICAL RESULTS

The accuracy and efficiency of the algorithm described in
the previous sections will be discussed in this section. In
addition, some case studies regarding the trend of crosstalk
with variations in dimensions will be presented.

A. Accuracy and runtime

The algorithm was implemented in C++ as a part of IBM’s
EMC analysis tool iQ-Harmony. Two levels of verification are
performed — the parasitic values are compared against IBM’s
internal 2-D parasitic extractor cz2d and the crosstalk noise
values are compared against HSPICE results. This ensures that
both the extraction and crosstalk algorithms work properly.
Since crosstalk is the focus of this paper and the parasitic
extraction is an intermediate step for the crosstalk analysis, the
crosstalk related results would be more emphasized.

As mentioned before, the signal lines may be quite far from
each other for EMC considerations. As the separation between
the signal lines is increased, the self inductance and
capacitance values become insensitive to the distance beyond a
certain point. However, the mutual inductance and capacitance
keep decreasing with the separation since the coupling between
the signal lines is reduced. Capturing this trend of the mutual
values up to a large separation is crucial for EMC rule
checking. An example of a microstrip configuration is chosen
where the separation between the two signal lines is varied
from a fraction of a millimeter to 10cm, as shown in Fig. 3. As
observed from the figure, the values predicted by the described
method matches closely with the values obtained from the 2-D
extractor. This serves to show a few important points. First, the
accuracy of the free space capacitance matrix is verified from
the accuracy of the mutual inductance values. Second, the
accuracy of the mutual capacitance shows that the
inhomogeneous dielectric medium in microstrip lines is
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Fig. 4: Comparison of estimated crosstalk noise with HSPICE results for
two striplines at different separations. The separation between the signal
lines is half the line widths for the “very close” case, equal to the line
widths for the “close” case and 70 times the line widths for the “far away”
case. For all three cases, good agreement with HSPICE is obtained.

handled properly. Finally, this example also shows how well
the weak coupling between the lines is captured.

The accuracy of the crosstalk analysis algorithm is
demonstrated in Fig. 4 where the results of the proposed
method are compared against HSPICE results. The near-end
crosstalk between two striplines is plotted as a function of
frequency at three different separations between the lines. This
plot shows that the algorithm works properly under different
coupling scenarios: very strongly coupled or very close,
strongly coupled or close and weakly coupled or far away.
Matched terminations are used for all these cases and point-by-
point matching with HSPICE results is obtained proving the
accuracy of the crosstalk analysis algorithm. It should be noted
that the dips in the near-end noise are associated with the
cancellation of the noise voltage by the reflected voltage at
certain frequencies depending on the length of the traces.

The overall process of computing the parasitic elements
and the crosstalk noise requires less than 100ms on average.
The average time taken by the parasitic extraction is around
40ms and the crosstalk analysis part requires around 20ms for
100 frequency points. When the separation between the signal
lines is large, more panels are required to discretize the
structure requiring longer computation time. The overall
runtime in the order of hundred milliseconds will allow the
proposed method to be appropriate for various applications
requiring fast parasitic and crosstalk estimation, such as
crosstalk-aware optimization for board level designs.

B. Trend analysis for crosstalk

Using the proposed crosstalk analysis methodology, two
case studies are presented for the variation of crosstalk with (i)
the separation between the signal lines and (ii) the distance of
the signal lines from the reference planes. Fig. 5 shows the
variation of the maximum crosstalk noise with the separation
between the signal lines. For a stripline configuration, the near-
end noise is greater than the far-end noise. However, for

—&— Stripline
—e— Microstrip

-100

Maximum Crosstalk Noise (dB)

-120

-140 : .
107" 10° 10" 10°
Separation (mm)

Fig. 5: Variation of maximum crosstalk noise with the separation between
signal lines for both stripline and microstrip configurations. The noise in
striplines falls off much faster than in microstrip lines.

microstrip configuration, the far-end noise is generally higher
than the near-end noise at high frequencies. For this
experiment, the length, width and thickness of the signal lines
are 100mm (4000mils), 0.125mm (5mils) and 0.0355mm
(1.4mils), respectively. The reference plane (two planes in the
case of striplines) is 0.2mm (8mils) away from the signal lines.
The substrate material used for this experiment is an FR4
material of dielectric constant 4.3. The distance between the
signal lines is varied from O0.lmm (4mils) to 100mm
(4000mils). At each separation distance, the frequency of the
applied unit sinusoidal source is swept in the range 100MHz to
20GHz. The maximum crosstalk noise in the abovementioned
frequency range is plotted against the separation between the
traces in Fig. 5 under matched terminations. Difference
between the trends can be noted for the microstrip and the
stripline configurations. Crosstalk for the latter case falls off
faster than the former since the mutual capacitance (and
correspondingly the mutual inductance) for the stripline case
falls off more quickly because of the two reference planes. For
similar dimensions, the noise for the stripline configuration,
beyond a few millimeters, is orders of magnitude smaller than
the microstrip case. Therefore, it can be expected that EMC
issues will be more prominent for microstrip lines.

For the plot of the microstrip line configuration shown in
Fig. 5, it can be noted that initially the maximum crosstalk
noise remains flat even when the separation between the signal
lines is increased. This can be explained by noting that the
maximum of the near-end and far-end noise over the entire
frequency range is plotted in the figure. For the frequencies
under consideration, the near-end noise is always lower than
the far-end noise for this example. Thus, the flat response is the
result of the contending effects of the separation and the
frequency on the far-end noise. This will be evident from Fig. 6
that shows the variation of the far-end noise with the separation
between the traces at different frequencies. The maximum of
the far-end crosstalk noise can be viewed as the envelope of the
series of curves, which indeed shows a flat response up to a
certain separation between the microstrip lines.
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Fig. 6: Variation of the far-end crosstalk noise with the separation
between the microstrip lines at different frequencies. The maximum over
all frequencies initially shows a flat response with separation.

When the distance of the microstrip lines from the
reference plane is increased, the self capacitance decreases and
the mutual capacitance increases, causing both the self and
mutual inductance to increase. The overall effect will be an
increase in the crosstalk between the microstrip lines. Fig. 7
shows the far-end crosstalk noise between two microstrip lines
having the same dimensions as mentioned before as a function
of the distance from the reference plane. The line-to-line
separation for this experiment is fixed at 50mm (2000mils).
The crosstalk noise is plotted for a number of frequencies. As
expected, the crosstalk noise increases with the distance and
with frequency. Using the method described in this paper,
plots similar to Fig. 7 can be generated easily and used as
guidelines for designers.

V. CONCLUSIONS

A method for the analysis of frequency domain crosstalk
between signal lines in printed circuit boards was presented in
this paper. An integrated parasitic extraction and crosstalk
analysis methodology was described that accurately computes
crosstalk noise in a fraction of a second. Case studies for trend
of crosstalk noise with variation in separation between signal
lines and the distance from the reference plane(s) were also
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Fig. 7: Variation of the far-end crosstalk noise with the distance of
microstrip lines from the reference plane.

presented. The methodology is appropriate for EMC rule
checking and crosstalk/EMC aware board level optimization.

REFERENCES

[1] S. Rao, D. Wilton and A. Glisson, "Electromagnetic scattering by
surfaces of arbitrary shape," IEEE Transactions on Antennas and
Propagation, vol.30, no.3, pp. 409-418, May 1982.

[21 A. E. Ruehli, “Equivalent Circuit Models for Three-Dimensional
Multiconductor Systems,” IEEE Transactions on Microwave Theory and
Techniques, vol. 22, no. 3. pp. 216-221, 1974.

[31 A. Ruehli and P. Brennan, “Efficient capacitance calculations for three-
dimensional multiconductor systems,” IEEE Transactions on Microwave
Theory and Techniques, vol. 21, no 2, pp. 76-82, 1973.

[4] W. T. Weeks, “Calculation of coefficients of capacitance of
multiconductor transmission lines in the presence of a dielectric
interface,” IEEE Transactions on Microwave Theory and Techniques,
vol. 18, no 1, pp. 35-43,1970.

[5] C. R. Paul, Introduction to Electromagnetic Compatibility, John Wiley
and Sons, Inc., 1992.

[6] C.R. Paul, Analysis of Multiconductor Transmission Lines, John Wiley
and Sons, Inc., 1994,

[77 W.T. Weeks, L. L. Wu, M. F. McAllister and A. Singh, “Resistive and
inductive skin effect in rectangular conductors,” IBM J. Res. Develop,
vol. 23, no. 6, pp. 652-660, 1979.

[8] D. Kumetsov and J. E. Schutt-Aine, “Difference model approach for the
transient simulation of transmission lines,” in Proceedings of IEEE
International Symposium on Circuits and Systems, 1993.

Authorized licensed use limited to: University of Washington Libraries. Downloaded on July 13, 2009 at 18:06 from IEEE Xplore. Restrictions apply.



